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Abstract

Full-wave analysis, based on rigorous solution of the differ-
ential or integral form of Maxwell's equations, is too slow for
all but the smallest designs. Traditional on-chip extraction en-
gines are, therefore, being pushed to extract inductance and pro-
vide accurate high-frequency interconnect modelling while main-
taining computational efficiency and capacity. This paper de-
scribes further accuracy-improving enhancements to the comme-
cial full-chip RLCK extraction engine, Assura RLCX[1], based on
the return-limited inductance formulation. Specifically, we incor-
porate substrate losses due to eddy currents and power-ground
losses while, based on design-driven assumptions, avoiding ex-
plicit extraction of the power-ground and substrate. Results are
validated on small testcases where comparison with full-wave so-
lution is practical.

1 Introduction

With technology scaling, on-chip frequencies are increasing as
device fr values exceed 50 GHz. In digital integrated circuits,
slew times are being driven below 50 psec, corresponding to fre-
quency content approaching 10 GHz. For many nets, the clock
being the most notable[2], inductance must be included to accu-
rately predict rise and fall times and delays in timing analysis. If
an inductive net is overdriven, an underdamped ringing response
canbe observed, which can result in functional failure in receiving
circuits or produce reliability problems through gate oxide stress.
Moreover, inductive coupling, along with capacitive coupling, can
be a significant source of noise on quiet nets due to the switching
of nearby perpetrators.

In analog integrated circuits, on-chip frequencies for wireline
and wireless applications are also pushing beyond 10 GHz, in op-
tical communications circuits[3] and in RF circuits[4]. On-chip
inductance extraction techniques have already been applied to spi-
ral inductors(5, 6, 7], but on-chip transmission lines are finding
places in both distributed feedback amplifiers[8] and oscillators[9].
Increasingly also the parasitic inductance of on-chip interconnect
is becoming a concern.

High-frequency interconnect analysis has traditionally been
relegated to full-wave Maxwell’s equations solvers. Field solvers,
such as Ansoft’s HFSS, which find broad use in the microwave
community, solve the differential form of Maxwell’s equations
with volume discretization and finite-element techniques. By con-
trast, boundary-element techniques are integral-equation-based
solutions which rely on discretizing the sources. Method-of-
moment-based solvers[10], such as Agilent’s Momentum, are

*The work at Columbia University was supportedin part by the National Science
Foundation under grant CCR-97-34216

0-7803-7607-2/02/$17.00 © 2002 IEEE

16

widely employed in the microwave community. In the IC and
package communities, integral-equation-based solution are: pop-
ularly represented in terms of partial-element equivalent circuits
(PEEC) which can be solved with circuit simulation engines[11,
12]. If the coupling distances are short relative to the wavelength
(that is, the distances between conductor segments that are mag-
netically or electrically coupled), then the quasi-static approxima-
tion applies and no retardation is necessary in the analysis[13].
Fast integral equation solvers have been developed to provide ac-
curate electrostatic, magnetostatic, and full-wave integral equa-
tion solutions[14, 15, 16]. Such solvers, while achieving high ac-
curacy, are still very slow except for the smallest problem sizes
and the resulting formulations are still intractably dense for large
designs. As a result, parasitic extraction engines, which com-
promise some accuracy to achieve full-chip capacity, are being
pushed to provide quasi-static high-frequency extraction capabil-
ities; that is, the extractors are being extended to add inductance
to the more familiar resistance and capacitance effects.

Full-chip extraction engines generally use pattern matching
and interpolation from look-up tables to calculate capacitance,
look-up tables that are generally calculated with use of fast in-
tegral equation solvers. Capacitances have very strong geom-
etry dependence; therefore, considerable care is necessary to
achieve accurate values. The extracted capacitances are intrinsi-
cally sparse because capacitances are very “short-ranged.” Elec-
tric field lines effectively terminate on the closest conductors and
more distant couplings are negligibly small. Physically, these
small capacitances can be discarded without any effect on the pas-
sivity of the resulting network.

Inductances, by contrast, have relatively weak geometry de-
pendence, allowing for accurate calculation with relatively simple
analytic formulae. Magnetic coupling, however, is dense, leading
immediately to circuit-level intractibility for large problem sizes.
The inductance matrix is dense physically because magnetic fields
induced by a current can spread much further and must be “termi-
nated” by eddy currents induced in nearby conductors. Further-
more, the partial inductance formulation is mathematically dense.
Partial inductances are defined by flux areas that extend to in-
finity. Physically meaningful loop inductances are only obtained
when the more distant flux areas are “cancelled” out by distant
partial mutual inductances. Smail mutual inductances cannot be
discarded without disrupting the passivity of the network[17].

There have been two recent approaches proposed to “spar-
sify” the inductance problem, each with its own advantages and
disadvantages[18]. The first approach recognizes that the inverse
of the inductance matrix (variously called the K-element[19]* and
the susceptance matrix[20]) is mathematically “local”; that is, one

LThe use of the term K-element was perhaps a poor one since SPICE already de-
finesaK el as simply a (nor d linductances. We use this definition
of K is this paper.




does not have to combine many distant coupling to obtain a phys-
ical answer. As such, as for the case of the capacitance matrix,
elements can be discarded without disturbing the passivity of the
network. While the formulation is now mathematically sparse,
the problem is still physically dense and the approach provides
no mechanism for determining the interaction window size. The
most significant disadvantage of the technique, however, is that
existing simulation tools (and designer intuition) are based on the
concept of inductance rather than “inverse inductance.”

An alternative to the inverse-inductance approach is the ap-
proach of return-limited inductance[21] which is employed in As-
sura RLCX[1]. In this technique, the power-ground network is
used to divide the chip into interaction regions. This approach
recognizes the fact that power-ground nets are always available
as fail-safe high-frequency current returns so that eddy currents
in most cases will not be induced significantly beyond the near-
est power-ground nets. The power-ground network is modelled
implicitly in this approach with the power-ground nets acting as
virtual ground planes. By implicit, we mean that an equivalent
RLCK network is generated for the signal lines which includes the
effects of the power-ground lines without requiring an explicit net-
work representation of these wires which could easily result in an
intractable analysis. This paper reports two accuracy-improving
enhancements to Assura RLCX[1]: the incorporation of power-
ground losses and consideration of eddy current losses in the sub-
strate.

Earlier return-limited inductance extraction approaches[1] ig-
nored resistive losses in the power-ground distribution. This
assumption is frequently not justified because high-frequency
current returns may choose more resistive return paths through
power-ground lines to minimize inductance, resulting in a higher
effective resistance for the line. These effects are now considered.

In the metal-rich environment of digital integrated circuits,
eddy current loss in the substrate is not a concern because the on-
chip power supply is always available as a lower impedance cur-
rent return than the silicon substrate. In analog designs, however,
this may not be the case since routed power-ground distributions
are more common and a sparse metal environment is often present
in which the silicon substrate (particularly if an epitaxial substrate
is used) may be the lowest impedance current return, often at the
cost of considerable resistive losses. We enhance the extraction to
consider these eddy current losses.

Section 2 describes how power-ground losses are considered
within the context of return-limited inductance extraction. A mul-
tilayer Greens’ function approach to handle the magnetostatics
of the substrate is described in Section 3. Section 4 considers
how the concomitant frequency dependence of the inductance and
resistance resulting from both loss mechanisms is handled with
frequency-independent elements with an equivalent ladder net-
work fit. Section 5 presents comparison of Assura RLCX extrac-
tion results with full-wave solution and considers some of the lim-
itations and assumptions of the approach considered here. Section
6 concludes.

2 Magnetostatic power-ground loss modelling

In return-limited inductance extraction, the power-ground net-
work of the chip is used to divide the interconnect into a set of
disjoint interaction regions. Self-inductances are defined by loops
formed with the nearest parallel power-ground lines. The reader
is referred to References [1, 21} for more details on the retumn-
limited extraction approach. Signal lines within an interaction re-
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gion are magnetically coupled as loop inductances, and signal lines
contained in two different interaction regions do not couple. In
this approach, the power-ground lines are implicit in the extrac-
tion and when losses in these lines are considered, the resulting
signal-line models acquire a frequency-dependence.

We note than an important part of full-wave analysis is un-
derstanding the interplay of displacement, conduction, and eddy
currents, and this analysis involves the simultaneous quasi-static
PEEC extraction of the signal lines and the power-ground distri-
bution. In this context, to get a truly accurate analysis of the high-
frequency behavior of the power-ground nets one must correctly
model the wires of the distribution as well as all the sources of
on-chip decoupling capacitance. Depending on the amount of on-
chip decoupling, package modelling might also be necessary. The
resulting extraction and analysis easily becomes intractable. A
better approach to handle large problem sizes (and that taken in
return-limited inductance extraction) is to assume that the power-
ground distribution has been well-designed and has a very low
impedance compared to the signal lines being analyzed. For
power-supply integrity considerations, this is achieved in prac-
tice with power-ground grid structures and adequate decoupling
capacitance. With the assumption of a low-impedance power-
ground distribution, we can ease the full-wave requirements on
the power-ground distribution by treating capacitances to power
and ground lines as capacitances to ideal ground. Furthermore,
eddy currents induced in nearest neighbor power-ground lines
can be “sourced” from the power-ground distribution with zero
impedance.
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Figure 1: Interaction region cluster defined by a set of signal lines
and the associated power-ground lines.



Within Assura RLCX, then, a given interaction region consists
of a set of “clusters”; each cluster contains a set of signal lines
and their associated parallel power-ground lines (referred to as the
power-ground aggregate) which define the return-limited loop in-
ductances. One such cluster is shown in Figure 1(a). The current
flowing through the I signals lines of the cluster is given by I;,
giving voltage drops of V;. The current flowing through the J
ground returns is given by I;. Each cluster is also augmented by
a “pseudoreturn” to crudely model all of the (low-resistance, but
high-inductance) current returns outside the interaction region;
this enables a frequency-dependent transition from a dc resistance
defined only by the resistance of the signal line (power grid is loss-
less at dc) to a high-frequency resistance defined by returns con-
fined to the interaction region. Low frequency inductances are not
correctly modelled, but they have no significance in determining
interconnnect response. The currents and voltages are related by
an impedance matrix:

V=2ZI

where Z is given by R + jwL. R, as the resistance matrix, is
diagonal. L is the dense matrix of partial inductances. For sim-
plicity, the remainder of the discussion assumes that the interac-
tion region consists of a single cluster; but the derivation can be
easily generalized to multiple clusters in the interaction region.

Zj I; = Iy = —(3_, I.) since the (net) current being driven
down the signal lines of the cluster must be returning (implicitly)
through the power-ground lines. From this and the assumption of
a low-impedance power-ground distribution (shown by the shunts
across the power-ground nets in Figure 1(b)), we see that

(1)-0rw (1)

where B is an incidence matrix. Each column of B corresponds
to a signal line or a power-ground line; each row of B corresponds

to a signal line or power-ground line aggregate in one cluster. The
ith column of B is all zero except for the ones in rows correspond-
ing to the same signal line or the aggregate containing the power-
ground line.

Inverting the current-voltage relation yields:

V: —1 pTy~1 i
() -mr()

V= 8Bz 'BT)'sTL

()]

@
Furthermore,

©)]

yielding the equivalent impedance matrix of the signal lines in the
interaction region (as shown in Figure 1(c)):
Z.,=SBz'BT)'sT @
S is an incidence matrix. Each column of S corresponds to a sig-
nal line or aggregate of power-ground lines; each row of S corre-
sponds to a signal line. The element of the sth column and jth row
of S is 1 if the column and row correspond to the same signal line;
it is -1 if the column corresponds to the power-ground aggregate
and the row corresponds to the associated signal line of the same
cluster. In section 4, we show how this (frequency-dependent)
impedance is represented in the SPICE extracted netlist.
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3 Magnetostatic substrate loss modelling

There are two basic approaches one could take to modelling
the substrate. One could mesh the substrate based on a volume fil-
ament approach[22], modelling the substrate as (in general) a cou-
pled RLCK mesh (i. e., a full PEEC model, tantamount to a full-
wave solution withing the quasi-static approximation{11]) The ad-
vantage of this technique is that it is very accurate since all 3D ef-
fects can be handled (e. g., differences in substrate effects due to
well diffusions and the influence of well or substrate plugs). Sub-
strate losses can be accurately modelled in both the electrostatic
and magnetostatic problems, and their interactions are also mod-
elled. The main disadvantage to this approach, despite its accu-
racy, is that extractions will be “clogged” with complex substrate
networks. As in the case of explicit treatment of power-ground, it
will quickly result in a computational intractable problem: for all
but the most trivial problem sizes. An alternative is to treat the
substrate implicitly by means of a Green’s function treatment and
combine this with the implicit power-ground treatment of return-
limited inductance extraction.

To consider substrate effects, we return to Maxwell’s equations.
Ignoring the displacement term (quasi-static approximation), the
magnetic field is determined by:

Vx B=uJ &)
where the current density J = oF + J ¢, where J o is the
applied current density. The (time-harmonic) fields are related to
the scalar and vector potentials by: ’

®
B=Vx A (@)

Using equations 6 and 7 (and Coulomb gauge)in equation § yields
the following relation for the magnetic vector potential:

E=—jwA~-Y¢

VA = JuwoA — pd src — poVe ®)
If we can assume the substrate is well plugged to a low-impedance
power-ground distribution, it can be regarded as an equipotential
and the last term on the right-hand-side of equation 8 can be ig-
nored. All of the voltage induced (magnetically) in the substrate is
dropped across the resistance of the substrate (or equivaleritly, the
eddy currents of the substrate are sourced losslessly). With this
assumption, capacitances to the substrate can be regarded as ca-
pacitances to the ideal ground reference, as is done for the case of
capacitors coupled to the power-ground distribution. This leads to
an implicit treatment of the substrate that is equivalent to that ap-
plied to the power-ground nets. This treatment ignores losses as
displacement currents in the substrate are collected by plugs. The
solution of equation 8 may then be written in integral form as:

A(r) = y./ Jore(PNG(r, 73> ®
v

where G(», ') is the Green’s function, found by solving the fol-
lowing equation:

ViG(r,7") = -6(r — ') + juweG(r,7')  (10)
From equation 9, the Green’s function allows one to calculate the

magnetic field at the field point = as a result of a current at the
source point r’.



Figure 2: Multilayer substrate. Metal layers are routed in layer 0.
= 0 defines the substrate-oxide interface.

If one assumes a multilayer substrate stretching horizontally
to infinity as shown in Figure 2, then axial symmetry applies and
equation 10 can be reduced to a two-variable problem in cylindri-
cal coordinates. Because this treatment assumes a uniform two-
dimensional substrate profile, three-dimensional features such
as substrate laminations sometimes used to reduce eddy current
losses cannot be modelled. The spectral-domain transform can
then be reduced to a one-dimensional Hankel transform[23]. We
instead choose to keep the Green’s function in Cartesian coor-
dinates because we compute the filamentary inductance in the
spectral domain, where axial symmetry no longer applies, be-
fore computing the transformation to spatial coordinates with a
two-dimensional FFT. This provides us with a mechanism for a
quick precharacterized look-up table for determining inductances
directly in the presence of a uniform multilayer substrate.

If the source point (z', 3, 2) and field point (z, y, z) are in
the top oxide layer, denoted as ¥ = 0, it is straightforward to
show that the Green’s function between points in layer O can be
expressed as the double integral,

G(r,?') = f dmf dncos(mz)cos(mz’)cos(nz)cos(nz')
(po eYmnmaz (v’ )4rie ~v9, amaz(y,y ))
2"97mu(ﬁor"— L)

x (ﬂée'y?,mmm(y,y ) 4 The Tm min(y.y’))

an
where v5,.° = m? + n? + jwokp. o is the conductivity of
layer k and p is the permeability of free-space (all the materials
are assumed to be non-magnetic). ¢ and T¢ are coefficients
determined by satisfying the appropriate boundary conditions at
each material interface. This follows from similar derivations for
the electrostatic problem[24, 25].

As shown in Figure 2, y = 0 defines the oxide-silicon inter-
face. To satisfy the requirement that the Green’s function remain
boundedasy — oo, B¢ = 0,'§ = 1. Furthermore, if the bottom
la?'er of the substrate (layer M) extends to y — —oo, B4 = 1and

= 0.2 With dy being the y-distance to the interface between
substrate layers k and k + 1, the values of 3§ and T'§ can be found

2For very high resistivity substrates, one could argue that the backside of the
wafer must be modeled, for example, as an ideal ground place. If the backside were
aty = —D, this would require that the Green’s function (and the magnetic field)
vanish fory < —D. We choose to model the substrate as infinitely thick in our
context because of the presumption that other interconnect layers would always be
present as a favored current return over a backside groundplane.
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from the recursive formula

(o) 4

I‘ie_zh"):"‘d" rk+ e —2vk L diy
where the elements of A are given by:
a b
b a

k41
A )e(‘vf..f.l—'v:‘m.)dk

1 Ymn
a==[14122
2 ( Yhn
777"1
k

k+1
b=—;—(l— )e"

Ymn
We have found this formulation to be numerically robust.

i
Br+41

) 12)

A

and a, b are expressed as

k41

i V) Bk

Figure 3: Geometry and spacings of the coupled filaments.

‘We now use this multilayer Green’s function to derive the par-
tial inductance for filamentary segments (“dressed” by the pres-
ence of the substrate). The current density of a filamentary current
Taty=4dy,z =0, -1l /2 < z < l1/2 in the z direction is given
by:

'y, 7)) = 18(z")é(y'—dr) [u(z’ + 11 /2) —u(z' — &y /(21)3])2

Figure 3 shows the geometry of the source filament and coupled
filament for this calculation. Combining equations 9, 11, and 13
yields the following expression for the magnetic vector potential,

A(z,y,2)=2(%) [° dmf0 dncos(m:::)coa(nz)g(lllLl
(pnevs',.,.mu(v,al)”u —vm,.muw,a,))
’Ymn(ﬁgr‘(')‘_ﬁo 0)
% (ﬁé eTmamin(v,di) o I‘ge—‘v?,mmiﬂ(yydx))

(14
Computing the mutual inductance to another filament at y =
d2,z=d,1/2+6 <z < li/2+ 6+ I (see Figure 3)

11/246+1

M= A(d, dz, 2')ds’ as)

/246
yields,
= (%) [Tdm [~ dnco.‘s(md)ﬂg{,ﬁl—hLl
un[n(lL/2+6+tz)] sinfn(l1/2+6)]
(ﬁo 7% nmas(dy 42)+1—~u —y% p maz(dy ,a,))
(BiTs—B3TY)

% (ﬂée‘vfn,.m""(dhdz) +The —1,,.,.m-'n(d1,da))

(16)




Equation 16 explicitly applies to filamentary currents. To ex-
tend this treatment to wires of finite cross section, we exflmt the
geometrical mean distance (GMD) approxxmauon[26] In the
free-spacecase, 85 = I' = 1and 8¢ = Ty = 0 and this integral
can be done exactly, to yield the well-known inductance formula
of Grover[26].

We can approximate the integral of equation 16 by enclosing
the z and z dimensions in a box of dimensions L, and L., respec-
tively. Furthermore, we grid the substrate in = and z, so the L,
La,d, 1y, 12, and § are integral multiplies of the grid spacinga. Af-
ter some trigonometric manipulations, the summation becomes:

EL—ILLQJIZLI—I ng lfmn.

X {coa ("""“) cos (.'ﬂ‘_l_‘r_&l) + cos (rmrd) cos (nngt,H))
—cos (m“d) cos (Mﬂ) cos (”";") cos ("”:)}
an

where fmy is given by:

(ﬁ:e79"nmu.t(dl.dg)+ru —'79"""-4::(41,4;))
fon = (ﬁl[\u_pur\l)

x (ﬂée"lg..nm""(dudz) +The -vmnman(di,dz))

18)

Defining My as:

Ly—1Lp—1

. nrv
Muv 2L1L2ﬂ2 Zl ZCOS( )C ( )fmn
19)
equation 17 becomes:
M= Mag, 16+ Maigrs — Magy 1145 — Mas 20)

My canbe efficiently calculated by means of a fast Fourier

transform (FFT) by creating an extended sequence gy, from fy,pn
as follows:

fmn m=0,...0 —1;n=0,...0,—1
_ ) foM-mn m=1L1,...201 - 1;n=0,... L, — 1
Ymn fm,2N—n m=0,...L1—1;n=L2,...2L2—1
foM—mp2N-—n wm=1L1,...201 —1;n = Lz,...2Ly —
With this, M., is given by:
- 2L; =1 x=2Ly—1
My, = m’z 1 En_z fmn @

Xexp (1m21ru) eTp (znznv)

For N metal layers, N(N + 1)/2 FFTs are calculated as part
of technology characterization (i. e., they only need to be cal-
culated once and do not degrade the computational efficiency of
the extraction engine) to provide look-up tables for My, to al-
low calculation of M according to equation 20. It is well-known
that a fine enough gridding must also be chosen (smaller a and
more points in FFT) to cover adequate spectral content to achieve
reasonable accuracy. This is particularly true for small values
of d for which, My, has a (logarithmic) singularity. For the re-
sults presented here, we have chosen a as 0.25um and a max-
imum interaction region size of 256pm x 256 um, requiring a

3In Assura RCLX, we are still ignoring skin effect, assuming uniform current
cross sections for wires. For frequencies beyond 10 GHz, it will certainly be nec-
essary to modify this assumption through a volume filament decomposition or by
means of an expansion to a more efficient basis[27]
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2048 x 2048 FFT. We post-process the FFT with a cubic-order
interpolation formula[28], which allows us to achieve several per-
cent accuracy down to the smallest filament spacing required for
self-inductance calculation in the GMD approximation. This al-
lows us to avoid the complexity of alternate solution techniques
in the near field, the approach that is generally taken in more ac-
curate field solvers[29].

4 Ladder network

To model the frequency dependence of equation 4 along with
the frequency dependence of the substrate loss using frequency-
independent elements (and, thereby, making the extracted netlist
compatible with SPICE simulation), a ladder network as shown in
Figure 4 is introduced for each signal line branch.

Representing all n signal branches within an interaction region,
the current components become vectors, where each element of
the vector corresponds to a different signal line. Consequently,
L1, La, Ry, R; are n x n matrices. R, has off-diagonal ele-
ments, resulting in transresistances modelled in SPICE as current-
dependent voltage sources.

AAAA

Figure 4: Ladder network for a signal segment.

The n x n impedance matrix of this reduced network is given

3 y Z sie whereV = Z s Tand Zsie = Ry +sL1+sL; (Rz +
Lz) ~'R,. We can now expand Z;; in moments around s =
M_; =L
Mo =Ri+ R;

The moments of equation 4 can similarly be expanded around s =
oo yielding:
M_,=8L'sT
M,=SL'BL'RLBTL'ST
where L’ = (BL~*BT)~, Note the M —; and M), correspond
to the infinite-frequency inductance and resistance, respectively.

To incorporate the substrate correction and its associated fre-
quency dependence, we recognize that in the presence of the sub-

strate,
L — RC(Laubatratc(fma:))

and
R— R+ Im(Laubatrate(fmax))27rfmaz

where L ;upstrate i the complex dense complex partial inductance
matrix constructed by FFT lookups from equation 20. We evalu-
ate the correction at the user-specified frequency fmaz.



Similarly, expanding the two lowest-order moments of Z y;;
around s = 0 yields:
Mi=R;

Mi=Li+ L,

which correspond to the dc resistance and inductance, respectively.

The moments of equation 4 can be similarly expandedaround s =
0 yielding:
M =S(BR'BT)™'s”
Mi=SBR'B")"'BR'LR'BT(BR'BT)"'s”
With the pseudoreturn,
nal line resistances.
The fitting here is trivial. M _; determines L,, M} deter-

mines R1, M determines L, and M determines R;. Specif-
ically, Rz = Mo - R1 andLg = Mi _ L1

o is simply the diagonal matrix of sig-

5 Comparisons with full-wave analysis

In order to validate our extraction results, we have developed
a set of two-port ground-signal-ground (GSG) coplanar waveg-
uide structures of the form shown in Figure 5 running over dif-
ferent substrates. These structures are simple enough to enable
full-wave solution with Ansoft’s HFSS engine, a finite-element
solver, yielding S parameters. Ports are defined at the near-end
and far-end. Structures like this can be easily fabricated and mea-
sured with microwave probes and a network analyzer (with proper
reference deembedding structures)[8]. We similarly calculate the
S-parameters from Spectre simulation of the Assura RCX SPICE
netlist. Frequency-domain analysis is a far more precise means of
accessing accuracy than time-domain simulations, since we can
examine the accuracy with which high-frequency components are
propagated and reflected, components that could in general be at-
tenuated and lost as part of the Fourier spectrum of a “digital”
time-domain waveform. We present the results for for a represen-
tative testcase here, a testcase which also demonstrate remaining
sources of inaccuracy in the extraction.

substrate

Figure 5: Simple GSG coplanar waveguide configurations for
full-wave comparisons.

In this example, by = 0.5um, ho = 2.715pum, w1 = 2um,
we = 4pm, ws = 10pm,d; = 30um,and d; = 50um.
The substrate is very heavily doped, 1mQ — c¢m (without even
the lightly doped epitaxial layer which be required to construct de-
vices), to accentuate the substrate effects. The ground lines are
neither equal width nor equidistant from the signal lines, given
an additional proximity-effect frequency dependence to the resis-
tance and inductance. The ground lines are strapped every 500um
and the substrate is plugged from both ground lines every 500um.
Figure 6 shows the S-parameter results from 50 MHz to 20 GHz
in Smith chart form (although we have not sketched the contours
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of constant resistance and reactance that are commonly drawn on
Smith charts). HFSS gives the HFSS result. RL w/o ladder gives
the Assura RLCX result without any consideration of substrate or
power-ground losses; this is the Assura RLCX result without the
accuracy corrections described in this paper. RL w/ ladder, no sub-
strate includes the power-ground losses but no effects from the
substrate. RL w/ ladder, substrate includes substrate loss as well
as power-ground loss. We comment that the HFSS results require
in excess of 18 hours of compute time. The extraction in Assura
and simulation in Spectre requires a couple of minutes.

S12 shows steadily better agreement with HFSS as loss mech-
anisms are added into the Assura extraction. Even with both sub-
strate and power-ground losses considered, we are still underrep-
resenting the loss. We attribute this to the failure to consider the
current-crowding skin and proximity effects in Assura. At20GHz,
the skin depth is approximately 0.7um. Skin effects issues are
actually mitigated in this testcase because of the comparatively
large amount of current returning through the substrate, making
the wire thickness rather than the width the more critical dimen-
sion for the skin effect. The Sy; results also show similarly im-
proving agreement as the accuracy features are added into the As-
sura extraction. High-frequency discrepancies in the real part of
Si1 are once again attributed to current-crowding effects.

0.1 T

— HFSS

= AL wAndder, substrate
ereeee AL whadder, no sbstrate
<= - RLwioladder

st

0.1 0.2 03 04 0.5

$12
05

-1

-1 0.5 1

Figure 6: S parameters from 50 MHz to 20GHz for the coplanar
ground-signal-ground testcase.



6 Conclusions

In this paper, we have described enhancements to the return-
limited inductance extraction approach as implemented in Assura
RCLX which handle losses in the power-ground and substrate. The
approach is based on the design-driven assumption that the signal
lines are routed within a low-impedance power-ground network
and that the substrate is well plugged (or tapped) into this network.
This allow implicit treatment of the effects of the substrate and
power-ground distribution on signal line response, which can make
signal-line extraction practical on a full-chip basis. Comparison
with finite-element full-wave analysis shows the efficacy of these
accuracy enhancements. To accurately model beyond 10 GHz,
non-uniform current distributions across wire cross-sections will
have to be supported in the extraction engine in a future enhance-
ment.
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